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A 3.1–4.8 GHz transmitter with a high frequency divider in 0.18 µm CMOS
for OFDM-UWB∗
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Abstract: A fully integrated low power RF transmitter for a WiMedia 3.1–4.8 GHz multiband orthogonal frequency
division multiplexing ultra-wideband system is presented. With a separate transconductance stage, the quadrature
up-conversion modulator achieves high linearity with low supply voltage. The co-design of different resonant fre-
quencies of the modulator and the differential to single (D2S) converter ensures in-band gain flatness. By means of
a series inductor peaking technique, the D2S converter obtains 9 dB more gain without extra power consumption. A
divided-by-2 divider is used for carrier signal generation. The measurement results show an output power between
–10.7 and –3.1 dBm with 7.6 dB control range, an OIP3 up to 12 dBm, a sideband rejection of 35 dBc and a carrier
rejection of 30 dBc. The ESD protected chip is fabricated in the Jazz 0.18 µm RF CMOS process with an area of
1.74 mm2 and only consumes 32 mA current (at 1.8 V) including the test associated parts.
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1. Introduction

The emerging ultra-wideband (UWB) technology is be-
ing actively investigated today due to the wide available band-
width for very high data rates up to 480 Mb/s and low power
service over short distances in the 10 m range[1, 2]. According
to FCC, the frequency spectrum allocated for UWB is 3.1–
10.6 GHz, and the spectrum shapes of the modulated out-
put power and maximum power level are limited to –41.3
dBm/MHz, which ensures that UWB can coexist with existing
spectrum users like GSM, WLAN and Bluetooth. The WiMe-
dia has proposed a standard based on the multilband orthogo-
nal frequency division multiplexing (MB-OFDM) approach[3].
In this proposal, the UWB frequency spectrum from 3.1 to
10.6 GHz is divided into 14 channels with 528 MHz for each
channel. The first three channels (3168 to 4752 MHz) are de-
noted band group #1.

This paper describes the implementation of an RF trans-
mitter with a high frequency divider, covering 3.1–4.8 GHz
(group#1) for MB-OFDM UWB in a 0.18 µm CMOS tech-
nology. This paper also describes the proposed transmitter ar-
chitecture as well as its design constraints, and highlights the
circuit design and implementation.

2. Architecture and design constraints

The band-group #1 has three channels, and their chan-
nel center frequencies are 3432 MHz, 3960 MHz, and 4488
MHz, each with a channel bandwidth of 528 MHz. The car-

rier frequency can hop between these three bands in different
time slots. The transmitted power spectrum density and spec-
tral mask are shown in Fig. 1.

Based on FCC’s output spectral density requirement, the
maximum transmitted power PTX is about –9.3 dBm as calcu-
lated in Eq. (1). In order to compensate the power loss between
the front-end and antenna (band pass filter used, etc), the ac-
tual power that is required at the output of the power amplifier
is considered to be about –7 dBm.

PTX, hop = −41.25 dBm/MHz + 10 lg(3 × 528) = −9.3 dBm.
(1)

The proposed transmitter block diagram is shown in
Fig. 2; it adopts direct conversion architecture, consisting of
a voltage–current (V2I) converter, a quadrature up-conversion
modulator, a D2S converter and a programmable gain ampli-
fier (PGA). I/Q baseband signals (4.125–264 MHz) are con-
verted to an RF signal at the output of the modulator. After

Fig. 1. Normalized transmitted spectral mask of band group #1.

∗ Project supported by the National Eleven-Five Project Funding (No. 51308020403), the Science and Technology Commission of
Shanghai Municipality (No. 08706200700), and the National High Technology Research and Development Program of China (No.
2009AA01Z261).

† Corresponding author. Email: jyren@fudan.edu.cn
Received 20 May 2009, revised manuscript received 28 July 2009 c⃝ 2009 Chinese Institute of Electronics

125003-1



J. Semicond. 30(12) Zheng Renliang et al.

Fig. 2. Block diagram of the UWB transmitter.

Fig. 3. Wideband gain with two resonant loads.

conversion to single-end by D2S and amplification by the
PGA, the output RF signal can be sent directly to the antenna.

For chip testability purposes, a divided-by-2 divider with
its LC buffer is proposed for orthogonal carrier frequency sig-
nal generation with a differential 2 fLO frequency signal as the
input.

The direct conversion architecture has the advantages of
high integration, low power, low cost and so on, despite its in-
herent drawbacks like I/Q mismatch, dc-offset and 1/ f noise.
Due to these drawbacks, the design of a UWB transmitter hav-
ing flat gain response in 3.1–4.8 GHz with high sideband sig-
nal suppression and carrier leakage suppression is a difficult
task, especially in the case of the low power high linearity re-
quirements under a 1.8 V supply voltage.

2.1. 3.1–4.8 GHz wideband gain flatness

Traditionally, a shunt-peaking load technique can be used
to extend a circuit’s bandwidth performance[4]. By this shunt-
peaking technique, the frequency response of the quadrature
up-conversion modulator can only be extended to a certain
value but not enough from a whole transmitter flatness point
of view. This is because the gain flatness is not determined
by the modulator itself and the gain performance is worse if
the Q factor of the shunt-peaking LC tank is lower for wider
bandwidth.

To achieve ultra-wideband gain flatness, a method of
combining two shunt-peaking loads with different resonant
frequencies is proposed. As shown in Fig. 3, the load of mod-
ulator resonant frequency is around 3.5 GHz; D2S with the
PGA’s load resonant frequency is around 4.5 GHz; with proper
adjustment, they can achieve a flat gain response for the trans-
mitter chain over the full bandwidth of 3.1–4.8 GHz.

The desired wideband characteristics can be obtained by

Fig. 4. Output spectrum components.

Fig. 5. Modulator with I/Q amp/phase mismatch.

optimizing the value of the peaking elements L, C and R. In
actual circuit design, the load inductance L and shunt parasitic
capacitor determine the resonant frequency; the load series re-
sistance R is independent of this resonant frequency, but it can
alter the Q factor of the resonant tank, which relates to the gain
flatness.

2.2. Sideband and carrier leakage suppression

Ideally, the up-conversion modulator works as[4]

cosωBB cosωLO ± sinωBB sinωLO = cosωLO ∓ ωBB, (2)

where cosωBB, sinωBB are the input I/Q baseband signals;
cosωLO, sinωLO are the quadrature carrier signals. Due to the
non-ideal factors in the direct conversion transmitter, the out-
put spectrum consists of unwanted components. For example,
the sideband signal at ωLO + ωBB is caused by I/Q mismatch,
the carrier leakage signal at ωLO is caused by the dc-offset,
and the signals at ωLO ± 3ωBB, 2ωLO ± ωBB, 3ωLO ± ωBB are
from the non-linearity of the modulator, as shown in Fig. 4.
The out-band ones can be filtered out, leaving the modula-
tor’s linearity on the transconductance stage (the component
at ωLO ± 3ωBB).

The mismatch induced sideband signal degrades the out-
put spectrum and linearity. Supposing the amplitude and phase
mismatch come from both baseband and carrier path due to
layout and process variation, as shown in Fig. 5, we can rewrite
Eq. (2) as follows:
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Fig. 6. SBRR with different amp/phase mismatches.

V1 = (1 + ∆A) cosω1t cosω2t

=
1
2

(1 + ∆A)[cos(ω1 + ω2)t + cos(ω1 − ω2)t], (3)

V2 = sin (ω1t + ϕ1) sin (ω2t + ϕ2)

=
1
2

[cos(ω1t − ω2t + ϕ1 − ϕ2)−cos(ω1t + ω2t + ϕ1+ ϕ2)].
(4)

V3 = V1 + V2 =
1
2

(1 + ∆A) cos(ω1 − ω2)t

+
1
2

cos
[
(ω1 − ω2) t + (ϕ1 − ϕ2)

]
+

1
2

(1 + ∆A) cos(ω1 + ω2)t

− 1
2

cos
[
(ω1 + ω2) t + (ϕ1 + ϕ2)

]
. (5)

Here, ωBB = ω1 and ωLO = ω2, and the output funda-
mental signal and sideband signal can be expressed as

VFund =
1
2

(1 + ∆A) cos(ω1 − ω2)t

+
1
2

cos(ω1 −ω2)t cos(ϕ1 − ϕ2)− 1
2

sin(ω1 −ω2)t sin(ϕ1 − ϕ2).
(6)

VSide =
1
2

(1 + ∆A) cos(ω1 + ω2)t

− 1
2

cos(ω1 +ω2)t cos(ϕ1 + ϕ2)+
1
2

sin(ω1 +ω2)t sin(ϕ1 + ϕ2).
(7)

The sideband rejection ratio (SBRR) can be defined as a
power comparison between these two signals,

SBRR = 10 lg
|VFund|2

|VSB|2

= 10 lg
(

1 + (1 + ∆A)2 + 2 (1 + ∆A) cos(ϕ1 − ϕ2)
1 + (1 + ∆A)2 − 2 (1 + ∆A) cos(ϕ1 + ϕ2)

)
. (8)

In Eq. (8), cos(ϕ1 −ϕ2) ≈ 1 and defining fi = ϕ1 +ϕ2, the
output SBRR with different amplitudes and phase errors can
be plotted in Fig. 6.

Ideally, ϕ1 = ϕ2 = 0 and ∆A = 0, SBRR = ∞, there is no
sideband signal at output; because the amplitude error is 2.5%,
the phase error should be lower than 1.8 ◦ to achieve a sideband

Fig. 7. Carriage leakage problem: (a) Output spectrum; (b) Output
EVM.

signal rejection larger than 35 dBc. This really is a tough task
for wideband circuit design, because the up to 264 MHz input
baseband signals limit the transistor size of the transconduc-
tance stage, which is where the mismatch comes from, due to
process variation.

Another drawback of the direct conversion architecture
is the carrier leakage. Even if the baseband and modulator are
a well balanced design, the process variation induced dc-offset
still can cause a serious carrier leakage problem at the out-
put of the modulator and this carrier signal together with the
wanted signals will be amplified by the PGA to output. The
carrier leakage at the output of the modulator is calculated
as[4]:

VCL =
4RL

π
∆IOS cosωLO. (9)

Here, VCL is the carrier leakage voltage; RL is the load of
modulator and IOS is the baseband offset current to the mod-
ulator. Equation (9) shows that the carrier leakage is linearly
proportional to the offset current caused by mismatch.

As shown in Fig. 7(a), carrier leakage can peak out of
the signal band and cause EVM deterioration to exceed the
specification, as shown in Fig. 7(b), which shows that a car-
rier suppression of 30 dBc or higher is necessary to keep the
linearity unaffected by carrier leakage.

Other design issues such as high linearity modulator de-
sign with 1.8 V supply voltage, high frequency differential to
signal converter design, gain control technique and low power
consideration will be discussed in next section.
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Fig. 8. (a) OTA assistant transconductance stage; (b) Simplified
schematic of the proposed modulator.

3. Circuit design

3.1. Low voltage high linearity modulator

The design of the modulator determines the performance
of the transmitter from three aspects: linearity, gain and its flat-
ness, sideband and carrier suppression.

The I path schematic of the proposed modulator is shown
in Fig. 8(b)[9]. The up-conversion mixer adopts double bal-
anced Gilbert topology to suppress the carrier leakage and
the transconductance stage uses source resistor degeneration
to improve the linearity.

The widely used OTA assistant transconductance stage in
Fig. 8(a) can achieve better linearity in principle[5], but it is not
useful for low voltage and wideband applications. Because for
the 264 MHz input baseband signal, the OTA’s unit gain band-
width (GBW) requires a very large current consumption.

In Fig. 8(b), the differential baseband input signal is ap-
plied at the gates of M1, M2, which have a constant drain cur-
rent controlled by I2. Helping with the feedback loop of M7,
I1, and M3, the applied voltage signals Vinp and Vinm are con-
verted to current by the feedback resistor Rf . The generated
current I is circulated in M3, M4, which is amplified by the
mirror transistor M5, M6 respectively and sent to the mixer
stage. The transconductance of the modulator can be expressed
as:

Gm =
iout

vin
=

1
Rf

WM5

WM3
=

k0

Rf
. (10)

Here, iout is current to mixer, k0 is the gate width ratio of M5
and M3, and Rf is the source degeneration resistor. Equation

(10) shows that the transconductance is mainly determined by
the feedback resistor Rf . Compared with the common source
input of the traditional Gilbert mixer, the transconductance
stage can offer much better linearity and the 1.8 V supply volt-
age is enough for the overdrive voltage VDS6 plus VDS9 with
the current mirror topology.

A large transistor size is appreciated for the transconduc-
tance stage to reduce the mismatch, which means better side-
band and carrier signal suppression. The k0 is 2 to compensate
the gain drop due to the large feedback resistor for linearity.

At the output nodes, the modulated signals from I-path
and Q-path are summed and converted to a voltage signal by
the shunt peaking load of RL, Lload and the Cload (parasitic ca-
pacitor at the output nodes and the capacitor from the next
stage). The differential inductor Lload is tuned to be resonant
with the relatively constant Cload around 3.5 GHz as required
in Fig. 3 and the Q-factor of the resonant tank is tuned by the
resistor RL. In this design, Lload = 4.2 nH, RL = 40 Ω.

Another important figure of merit for the modulator de-
sign is the linearity. The transfer function of the transconduc-
tance stage can be written as

iin = g1vin + g2v2
in + g3v3

in, (11)

and the switch function of the mixer is

io = s1iin + s2i2in + s2i3in. (12)

Then the overall output transferred current is

io = g1s1vin +
(
g2s2 + g2

1s2

)
v2

in

+
(
g3s1 + 2g1g2s2 + g3

1s3

)
v3

in

= d1vin + d2v2
in + d3v3

in. (13)

Thus, the overall third-order intermodulation distortion (IM3)
is:

IM3 =
3
4

d3

d1
V2

in ≈
3
4

(
g3

g1
+

s3

ss
g2

1

)
v2

in. (14)

Here, vin is the input baseband signal. The first and second
terms in the bracket each stand for the distortion caused by
the transconductance stage and the switch stage of the mixer.
Normally, s3/s2 is small with the assumption of good switch
character and can be ignored compared to the first term. The
IM3 component from transconductance g3/g1 dominates the
linearity of the modulator as

iIM3 ≈
3
8

1

R4
f

√
β
√

I5
2

, (15)

where β = µnCOXW/L of M3, M4 in Fig. 8(b), and I2 is the
bias current. From Eq. (15), we can see that the linearity can
be improved by increasing the value of Rf or I2 at the price of
decreasing the gain, as can seen from Eq. (10), and increas-
ing the power consumption. Also, increasing β by W/L can
improve the linearity; the problem is that the parasitic capac-
itor at gate and drain limits the absolute transistor size. So a
trade-off has to be made between these parameters in order to
achieve a better linearity.
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Fig. 9. Output power with different LO signals.

Fig. 10. Simplified schematic of the D2S and PGA.

To satisfy the above assumption for the linearity consid-
eration, the transistors M9–M12 in Fig. 8(b) should work in a
hard switch mode. One way is to increase the transistor’s size
or lower the bias current, but this will decrease the gain. The
other way is to use a large LO signal to reduce the time that
transistors M9 and M10 are both on. As shown in Fig. 9, with
a differential LO signal larger than 400 mV, the output power
saturates, which means that the switch transistor comes to hard
switch[6].

3.2. D2S and PGA

A simplified D2S and PGA schematic is shown in
Fig. 10. The modulator output differential signal is AC coupled
to the D2S and the converted single-end RF signal is amplified
by the PGA with a 3 bit gain-control range. The output signal
can be sent directly to the antenna without an external balun,
providing a higher on-chip integration compared to Ref. [7],
where a differential PGA with an external balun is adopted.

The D2S is based on a common drain (M2) and common
source (M1) pair as shown in Fig. 10; compared to the D2S in
Ref. [8], M3 is used to reduce the Miller capacitance of M1
and improve the reverse isolation; an inductor LS is inserted
between M2 and M3 serving as a peaking element resonant
with the parasitic capacitor at the output of the D2S. The small
signal gain is:

Vout

Vin
=

2gm + gmCgsLss2 +
(
Lsg2

m +Cgs

)
s

2
[
gm +CgsCloadLss3 +CloadgmLss2 +

(
Cgs +Cload

)
s
] , (16)

Fig. 11. Voltage gain response with inductor LS.

where gm is the transconductance of M1, M2; Cgs is the input
gate-source capacitor and Cload is the total parasitic capaci-
tance at point A. Figure 11 plots this voltage gain response
with different values of LS; it clearly shows that with proper
LS (2.65 nH), the gain can peak around 4.5 GHz as required in
Fig. 3 and nearly 9 dB more gain can be obtained without extra
current consumption compared to the case where no inductor
is used.

The PGA uses a single-end common-source amplifier
with a cascade configuration, as shown in Fig. 10. M5 can re-
duce the Miller capacitor to improve the isolation and gain
performance, and prevent the M4 from being broken down by
the possible high voltage of 2VDD at the output. The output
matching circuit consists of an on-chip inductor LD and a cou-
pling capacitor to the 50 Ω antenna. For the bias, a current
mirror configuration between M4 and MB is used. By setting
control bit D0, D1, D2, the PGA gain can be varied to satisfy
the output power requirement.

By co-design of modulator, D2S and PGA, gain flat-
ness of the transmitter over 3.1–4.8 GHz is obtained with low
power consumption. In Ref. [9], one path of the differential
signal from the modulator is directly connected to the PGA,
causing 6 dB gain loss. In Fig. 10, the differential signal is
fully utilized and the passive inductor LS can peak the gain
without extra current consumption. The current in the single-
end PGA is about half that of the differential amplifier used in
Ref. [8] and it can be even lower in the case of a large input
baseband signal with bias current control.

3.3. High frequency divider

For chip testability, the on-chip test circuit is required to
generate quadrature carrier signals covering 3.1 to 4.8 GHz,
with the amplitude and phase error as low as possible. A poly
phase filter (PPF) can be used to generate the quadrature sig-
nals with the characteristic of precision[10], but a PPF is con-
ventionally used in narrow band systems; the high order PPF
gain attenuation and mismatch limit its wideband application.
In this paper, a divided-by-2 divider is used for the quadra-
ture carrier signal generation. It can work in a very wide fre-
quency range, providing a relatively accurate and large carrier
signal for high conversion gain. The issue is to design an up to
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Fig. 12. Circuit schematic of dynamic-loading SCL1 divider. SCL1:
source coupled logic.

Fig. 13. LC buffer for the divider.

10 GHz divider in 0.18 µm CMOS. A signal diagram and cir-
cuit schematic of the divider are shown in Fig. 12.

The divider is based on source-coupled logic (SCL) with
dynamic loading to provide the operation frequencies over 10
GHz[11]. The two D flip-flops always operate periodically and
alternately between sensing and latching mode, enabling the
output frequency to be half of the input frequency. Compared
with the fixed resistor load SCL divider, the dynamic-load di-
vider has the following advantages: (1) higher operation fre-
quency with low conducting impedance when Mp is in the lin-
ear region; (2) lower power requirements for the same opera-
tion frequency; (3) lower sensitivity to process variation.

For the divider, it is a critical requirement that the big
MOS-FETs of the modulator do not load the divider, because
the time constant RC at the divider output determines the op-
eration frequency of the divider. The lower the parasitic ca-
pacitance at the output of the divider, the higher the work fre-
quency it can achieve. Considering the conversion gain per-
formance of the modulator, a constant LO signal level at each
channel is preferred. So the LC buffer shown in Fig. 13 is in-
serted between the divider and the modulator to solve these
problems. The tuned inductor is shunt peaking with the para-
sitic capacitor and the wideband characteristic is controlled
by the series resistor RL. The post-layout simulation results

Table 1. Post-simulation results of the divider.

Input frequency 6 GHz
(3 dBm)

8 GHz
(3 dBm)

10 GHz
(6 dBm)

CLK CLKB in 344 mV 544 mV 866 mV
Divider output 665 mV 493 mV 543 mV
Buffer output 695 mV 788 mV 729 mV

Fig. 14. UWB transmitter chip photograph.

Fig. 15. PCB test board photo.

of the divider with an LC buffer are summarized in Table 1;
it shows that the divider can work up to 10 GHz with high
enough LO signals.

4. Implementation and measurements

The final UWB transmitter with a high frequency divider
is fabricated in the Jazz 0.18 µm 1P6M RF CMOS process.

The chip die covers an area of 1.74 mm2 including the
pads, which are ESD protected with a tolerance of 1.36 kV, as
shown in Fig. 14.

For the measurement, the chip uses chip-on-board (COB)
packaging technology and Rogers4003c board material, as
shown in Fig. 15.

For the spectrum measurement, 40 MHz baseband sig-
nals are supplied to the I/Q inputs and 2 fLO = 8 GHz. RF sig-
nals are supplied to the CLK/CLKbar of the divider, as shown
in Fig. 15. The LO carrier frequency is 4 GHz, the modulated
RF output is at 4040 MHz and the image side-band signal is
at 3960 MHz. An output spectrum at this band is shown in
Fig. 16; the carrier leakage and the side-band suppression
are 30.1 dB and 35.6 dB respectively. This result also demon-
strates that the divider can provide relatively accurate quadra-
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Table 2. Key performance parameter comparison.

Parameter Ref. [1] Ref. [7] Ref. [8] Ref. [9] This work
Post-Sim[13] Test results

Technology 0.13 µm CMOS 90 nm CMOS 90 nm CMOS 0.25 µm GeSi 0.18 µm CMOS
OIP3 (dBm) — –1.41 10 9 14 12/11/4.8
OP1dB (dBm) –10 — n/a — 4 –1/–3.5/–6
Pout (dBm) –10 –5.7 –10/–12/–8 –6.8 –8 to –2 –7 (controllable)
Carrier suppression (dBc) –30 –35.2 –41a) –28 –34 –30.1
Image suppression (dBc) –28 –33.8 –49b) –32 –44 –35.6
Power control range (dB) 0 0 n/a 13 6 7.6
Power: I × V(mW) n/a 60× 1.2/72 75× 1.2/90 43× 2.7/116 32×1.8/57.6c)

a) with DC offset compensation; a) and b) do not have the same comparison standard (which is thought to be incorrect); c) core
circuit is about 17 mA.

Fig. 16. Measured single-tone output spectrum at 3960 band, with LO
leakage and image suppression.

Fig. 17. Output power of transmitter in 3 bands. The figure is the
“maximum hold” of the output power at any frequency in the 3 bands,
not the power density proposed by FCC as shown in Fig. 1.

ture LO signals, as required in Fig. 6.

The output power of the transmitter in bands 1 to 3 is
shown in Fig. 17; the output power is around –7 dBm with a
variation of less than 3 dB in the first two bands. At band 3,
the gain drops more compared with band 2, so a power control
bit D0 is on to compensate the gain drop. The high frequency
gain drop comes from the larger parasitic capacitance than ex-
pected and the inaccurate simulation results due to the PDK
model with large signal analysis. Figure 18 shows about 7.6
dB output power control range at band 1, 2 by D2D1D0, in
this band, and the output power displays much flatness with a
variation of less than 3 dB.

The output 1 dB compression points at three bands are
shown in Fig. 19. The results show that band 1 has the best

Fig. 18. Output power control range at bands 1, 2 with D2D1D0.

Fig.19. Output 1 dB compression point at three bands.

linearity and the value degrades as frequency increases due
to gain loss, but it is still above –6.5 dBm at band 3. With a
two tone test, the corresponding output third order intercept
point (OIP3) at band 3 is shown in Fig. 20, and better values
at bands 1 and 2 are 12 dBm and 11 dBm, not shown here. Ta-
ble 2 compares the post-simulation and measurement results;
the difference comes from the extra parasitic capacitance and
inaccurate PDK model with large signal simulation.

The measurement results are summarized in Table 2
along with recently published work. A comparison shows that
the transmitter performance is competitive with a lower cost
process and low power consumption.

5. Conclusion

A low power RF transmitter with a high frequency di-
vider design for 3.1–4.8 GHz MB-OFDM UWB is presented.
With the co-design of the D2S and PGA, it achieves the re-
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Fig. 20. Output third-order intercept point of the RF transmitter.

quired single-ended output power with a gain control range
of 7.6 dB. By using the passive inductor series-peaking tech-
nique, the full chip consumes only 32 mA current from a 1.8
V supply. The results also demonstrate that the divider is suit-
able for high frequency wideband measurements. The trans-
mitter front-end has been integrated into a complete UWB
transceiver.

References

[1] Razavi B, Aytur T, Lam C, et al. A UWB CMOS transceiver.
IEEE J Solid-State Circuits, 2005, 40(12): 2555

[2] Leenaerts D M W. Transceiver design for multiband OFDM
UWB. EURASIP Journal on Wireless Communications and
Networking, 2006: 1

[3] Multi-band OFDM physical layer proposal for IEEE 802.15
task group 3a. IEEE P802.15 Working Group for Wireless Per-

sonal Area Networks, Mar. 2004
[4] Lee T H. The design of CMOS radio-frequency integrated cir-

cuits. 2nd ed. Cambridge: Cambridge University Press, 2004
[5] Orsatti P, Piazza F, Huang Q. A 20 mA-receive, 55 mA-

transmit, single-chip GSM transceiver in 0.25-µm CMOS.
IEEE J Solid-State Circuits, 1999, 34(12): 1869

[6] Terrovitis M T, Meyer R G. Intermodulation distortion in
current-commutating CMOS mixers. IEEE J Solid-State Cir-
cuits, 2000, 35(10): 1461

[7] Zhang Z, Mertens K, Tiebout M, et al. A 6–9 GHz WiMedia
UWB RF transmitter in 90 nm CMOS. IEEE Radio Frequency
Integrated Circuits Symposium, 2008: 39

[8] Arasu Y R C, Wooi M A, Yeoh G. RF transmitter in 90-nm
CMOS for multi-band OFDM UWB application. IEEE Inter-
national Conference on Ultra-Wideband, Singapore, 2007: 632

[9] Aggarwal S, Leenaerts D M W, van de Beek R, et al. A
low power implementation for the transmit path of a UWB
transceiver. Proceedings of the IEEE Custom Integrated Cir-
cuits Conference, San Jose, Calif, USA, 2005: 148

[10] Nakajima K, Sugano T, Suematsu N. A 5 GHz-band SiGe-
MMIC direct quadrature modulator using a doubly stacked
polyphase filter. IEEE Radio Frequency Integrated Circuit
Symposium, 2004

[11] Wang H M. A 1.8 V 3 mW 16.8 GHz frequency divider in 0.25
µm CMOS. ISSCC, 2000: TP12.1

[12] Wang W C, Liao C P, Lo Y K, et al. The design of inte-
grated 3-GHz to 11-GHz CMOS transmitter for full-band ultra-
wideband (UWB) applications. IEEE International Symposium
on Circuit and System, 2008: 2709

[13] Zheng R, Li W, Li N, et al. An RF transmitter front-end imple-
mentation in 0.18 µm CMOS for OFDM-UWB. Proceedings of
International Conference on Solid-State and Integrated Circuits
Technology, 2008: 1564

125003-8


